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ABSTRACT

The basic building block of a pipeline analog-to-digital converter (ADC) is the
multiplying digital-to-analog converter (MDAC). The performance of the MDAC
significantly depends on the performance of the operational amplifier and calibration
techniques. To reduce the complexity of calibration, the operational amplifier needs to
have high-linearity, high bandwidth and moderate gain.

In this work, the Op-amp specifications were derived from the pipeline ADC
requirements. A novel class-AB bias scheme with feed-forward compensation, which
provides high linearity and bandwidth consuming low power is proposed. The advantages
of the new topology over Monticelli bias scheme and Miller’s compensated amplifiers is
explained. The amplifier is implemented in IBM 130nm technology and the MDAC design
is used as a test bench to characterize the Op-amp performance. The proposed architecture
performance is compared with class A and class-AB output stage amplifiers with Miller’s
compensation reported in literature. The proposed class-AB amplifier with feed forward
compensation provides an open loop gain of 47dB, unit gain bandwidth of 1040 MHz and
IM3 of 75dB consuming 3.88mA current. The amplifier provides the required linearity
and bandwidth at much lower power consumption than the amplifiers using conventional

class-AB hias schemes.
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1. INTRODUCTION

High-performance communication systems require Analog-to-Digital converters
with high-resolution and bandwidth. For such applications, pipeline ADC architecture
provides an optimal match for speed and power dissipations. The increasing focus on low
power design has motivated a shift from using conventional class-A amplifiers to class-
AB amplifiers to design the ADC. An important constrain in using a class-AB amplifier
is the linearity and this thesis explores the issue in detail and presents a novel architecture
for high performance class-AB amplifier with high linearity.

1.1 Motivation

Analog-to-digital converters (ADC) are important components of numerous systems
which vary from digital radios, military and medical sensors to wired and wireless
communications which require an interface between analog and digital domains. And with
the rapid growth in speed and complexity of wireless communications, the performance
expectance from data converters has also increased. There are varied ADC architectures
based on conversion accuracy and speed, and no single architecture can be considered
optimal for all applications and the selection of architecture can depend on resolution,
speed, latency and power conversion. Figure 1 illustrates some of the architectures and

their intended resolution
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Figure 1: Types of ADC [1]

The focus of this thesis is on medium resolution and high speed pipeline ADC,
specifically a 12 bit resolution and a sampling speed of 100 MSPS. [2-7] have shown
resolutions of 12 bits and higher but the common factor among them is the high power
consumption. The main contributors for power consumption in a pipeline ADC are the
Op-amps and traditionally higher resolutions would require a high gain, high speed
amplifiers which required huge currents. But as analyzed and proved in [8, 9, 10] digital
calibration techniques can be used to relax the gain requirements of the amplifier and
hence lower the power consumption. This thesis focuses in this research direction and

proposes an architecture to achieve the required resolution using a low power Op-amp.



1.2 Thesis organization

Following the introduction, the next section focuses on presenting the basics of
pipeline ADC, and highlights the requirements of the Op-amps used in a pipeline ADC

Section 3, introduces the existing architectures of class-AB amplifiers and their
drawbacks and provides an in-depth analysis of the proposed amplifier topology and
design procedure

Section 4, discusses the requirements and implementation of switches in the design of
an MDAC, specifically the boot-strap implementation and design procedure

Section 5, provides the schematic simulation test-benches and results of the amplifier
and the switch. The amplifier specifications are compared to various other amplifier
architectures

Section 6 presents the conclusion of the thesis.



2. PIPELINE ADC BASICS

The function of an ADC is to convert a continuous time, continuous value signal
into a discrete-time, discrete-value signal. The first conversion in the time domain is called
sampling and the next conversion in the value is called signal-level-quantization or
quantization.

Sampling can be explained using the simple circuit shown in Figure 2. While the
switch is closed, the voltage on the capacitor tracks the input voltage and when the switch

opens at t = to, the capacitor holds the value of the input at the switching instant.

I
Vin: \ Vout Vin //\/:\f

——
<
g

Figure 2: Sampling example



Quantization is converting the sampled analog value to a digital value by
comparing the analog value to a reference level. A simple example would be a 1-bit
quantization using reference level “0”, all positive sampled values will be “1” and all 0
and negative values will be “0”. As the resolution of digital value increases the number of
reference levels also increases. The two basic implementations of quantization are serial
and parallel quantization.

In a parallel quantization, the signal is compared with all the reference levels at
once and the exact digital value of the signal is determined as in a Flash ADC. Consider

the Flash ADC and the quantization error in Figure 3, as can be seen the quantization error

JVref o Vin
Error

- 4 I N
= T2 00, 01, 10, 11

-l__ Vref/4|— —_ ] = 4 -
= _|_—\ T1 |ENCODE

/ R |Do,D1

Vin

5 _l__ TO Vref/4 Vref/2 3Vref/4 Vre:‘

Figure 3: Flash ADC and the quantization error

it-self contains information about the input signal and if this error can be extracted and

amplified, more bits can be resolved from the error; such an architecture is called Two-
5



Step ADC. To get the quantization error, the original input signal can be subtracted by the
analog equivalent of the resolved digital bits. An amplifier is used to amplify the error
value to the analog reference voltage as shown in Figure 4. The Two-step ADC can be

further extended to multiple series stages and this forms the basis for a pipeline ADC.

Vin

A/D

Figure 4: Quantization error signal generation and amplification

Figure 5 shows a block diagram of a pipelined ADC: the structure in Figure 4 is
repeated multiple times to match the required resolution, and the last stage is generally a

Flash ADC.
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Figure 5: Pipelined ADC

Multiplying Digital-to-Analog Converters (MDAC) are the basic building blocks
of pipeline ADC. MDAC’s combine sample and hold, subtraction, DAC and gain
operations shown in Figure 4 into a simple switched capacitor circuit to provide per-stage
resolved digital output of an ADC. The basic block diagram of a single ended 1.5 bit
MDAC is shown in Figure 6.

During the sampling phase @1 the input (‘Viy’) is sampled on the capacitors C; and
C2 and depending on the value of Vin the decoder selects the voltage to be applied to C»
(‘Vy) during hold stage ®2
If Vin < -VRr/4, then Vs=-Vr and bj = 00
If —-Vr/4 <= Vin<= VRr/4, then Vs=0and bj = 01,

If Vin > VRr/4, then Vs= Vg and bj = 10
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Figure 6: 1.5 bit MDAC

Based on the charge conservation principle, assuming ideal amplifier and capacitors the
transfer function from input to the output can be calculated as and is shown in Figure 7.
Vo= 2V — (bj — DVg 2.1
2.1 MDAC error sources
For calculating equation 2.1 we have assumed the Op-amp, Capacitors and
Switches and the Comparators to be ideal but in reality this is not the case and this section

explains the error sources in the MDAC and ways to overcome
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Figure 7: 1.5 bit MDAC transfer function

2.1.1 Offset error

The common sources of offset errors are charge injection, Op-amp offset,

Comparator offset and the DAC offset

Charge injection is generally due to the switches used in the design; when a switch
is turned off there exists some charge in the channel, which is dumped on to the
connected capacitor. If the capacitor is a sampling or feedback capacitor it alters
the signal level. This can be reduced using techniques like early-clocking(used in
this design), dummy switches and complimentary switches [11]

Op-amp offset is generally caused by the mismatches in the transistors and can be
reduced using proper layout techniques and also using the concept of offset

storage. The offset voltage of the amplifier is sampled onto the capacitor during



one phase and then it is subtracted from the signal during the other phase with
some processing as explained in [8].

e Due to the redundancy present in the MDAC, the comparator offset up to VVr/4 can
be tolerated.

e DAC offset is not reflected in the digital output of the stage but does influence the
analog output of the stage. Hence it cannot be corrected by the redundancy in the
MDAC stages and careful design and layout techniques have to be used to reduce
the offset.

2.1.2 Gain errors and non-linear errors
Gain error at the output of MDAC can be caused by the mismatch in the capacitor
ratio, the finite gain of Op-amp and settling time. The linearity and finite gain of the Op-
amp and the switch linearity effects the linearity of the MDAC.
e The transfer function of a 1.5 bit MDAC considering finite amplifier gain ‘A’,
capacitor mismatch and amplifier offset is given by

(€2 + C1) y 22
o= | 7o 1 |*Vin
14 C2 Z C1

C2

C2+C1
C1+ yi

—| (bj = 1)«

(C2 + C1)

M1 >|<VOS
Cl+C2:I4—C1

10



And in-order to minimize the gain errors, we need good matching of the capacitors as
well as a high open-loop gain for the amplifier, which could result in power hungry
amplifiers. Instead error correction techniques (calibration) have been used [12-17] for
high resolution ADC which significantly relaxes the gain requirements and enables
power and area saving. Digital calibration is preferred over analog calibration due to
higher robustness and accuracy.

Calibration of pipelined ADC can be classified into two operation modes:
foreground and back-ground. In foreground calibration, the ADC conversion process
is halted and a known test signal is applied and the calibration parameters are
determined. Back-ground calibration does not interrupt the ADC conversion process
and can be further split into two major types: a) channel error identification and b)
correlation-based. In channel error identification an additional slow but accurate ADC
acts as a reference and the output of the pipelined ADC is compared with the reference
to determine the error function [12-15]. Correlation-based approach uses statistical
estimation to determine the error function without necessitating an additional ADC
[16-17].

Although using low gain amplifiers digital calibration corrects for gain errors, low
gain amplifiers can introduce significant harmonic distortion and non-linearity. There
are techniques to calibrate non-linear errors, but they result in complex power hungry
circuits [18] and consume significant time to identify the error function. Hence an
amplifier to be used in digitally calibrated pipeline ADC will have high linearity and

moderate gain, which is the primary focus of this thesis. Switch linearity can be

11



improved using boot-strapping techniques [19, 20] which can achieve up to 15 bit
linearity.
2.2 Components specification
2.2.1 Sampling capacitors
The most dominating factor which impacts the resolution of a pipeline ADC is the
noise in the circuit and the key contributors are KT/C thermal noise on the capacitors,
active circuit noise and digital switching noise. Since thermal noise is inversely
proportional to the value of the sampling capacitors, the larger the capacitors the smaller
the noise and its value is based on the noise budget.
Since the ADC is a 12 bit, the output of the first MDAC(1.5bit) has to at least have
a SNR of 11 bits. If the differential peak-peak swing at the output is 1.2V, based on the
below calculation, the noise budge is
SNR =6.02* 11+ 1.76 = 68dB 2.3
SNR = 10 % 10° 2.4
The signal power at the output of the MDAC

0.6 0.6 2.5
S, 0.18 2.6

Noise_power = S, = SNR = 6312106~ 1.8 1078V?

The total noise at the output of the differential MDAC is calculated in [21] and is given

by [excluding the switch resistance]

__ 4KT

NZ ==—+2KkT * UGB * Ryp 2.7

12



Where C is the sampling capacitor (C1 and C2) and UGB is the Gain-bandwidth of the
amplifier and Rop is the equivalent Op-amp noise resistance. From the architecture of the
amplifier described in chapter 3, the noise significantly effects the power consumption.
Hence, a large chunk of noise budget is left for the amplifier and the capacitor noise budget
is taken to be 0.72*107-8V2. Based on the first term, the sampling capacitor values can be
calculated to be 2.3pF.
2.2.2 Amplifier specification
Slew current:

To determine the slew current requirement of the amplifier, assume that the
capacitors C1 and C2 initially sample Vin during the sampling stage and the load capacitor
is charged to VX. When the switches toggle, the MDAC gets to the hold phase as shown

in Figure 8 and, because of charge redistribution

Vres Il Vo VOut

c2|,4}, —‘IL_OCL

Figure 8: MDAC in hold state

AtV _:
C2((Vres- V) — Vin) + C1((VOut- V_)- Vin) =0 2.8

At VVOut:

13



c1((Vvout - V)- Vin) + CL(VOut - Vx) = 0. 2.9
On solving the equations we get

V_initial = —Vin + 2.10

(((c1+cL) * €2+ Vres) + (CL * C1 % Vx))
C1%CL + C2%CL+CL*C2

VOutinitial 2.11

(((c1 +C2) % CL*Vx) + (C1%C2+ Vres))
Cl«xCL + C2+«CL+C1xC2

From these initial values, the VV_ terminal slews till it reaches Y¥2*Voverdrive and then
the amplifier operates in linear region, and if we assume the slewing time to be 1ns, then

the slewing current can be calculated using

C2 2.12
VOutfinal = VOutinitial — {1 + (H) * Vipitia— V2
* Voverdrive
(VOutfinal — VOutinitial) 2.13
I=|{cL~ 1ns B

2 (Vinitiar — sqrt(2) * Voverdrive)
*
1ns

Using the values C2 = C1 = CL = 2.3pF, Voverdrive = 0.2V, Vin = 0.3, Vx =-0.3, 0 we
get the slew-current to be 1.4mA and 690uA. Hence, the maximum current to be

supplied by the output stage of the amplifier should be >= 1.4mA.

14



Gain-Bandwidth product:

If we assume the Op-amp to be a single pole system, then the closed loop settling

error is given by

Error = Vin (e~ (BUGBtsectie)), 2.14
The MDAC output has to settle to more than 11 bit accuracy in about 3ns and Vin = 1.2,
B =0.5. These values will give an open loop gain-bandwidth product of 810MHz.
Output swing, Gain and Noise:

Since we are targeting a differential input peak-peak signal of 1.2V, the output
swing has to be 1.2V. As explained before, a moderate gain amplifier with a high linearity
would be sufficient to attain the required resolution so, the targeted gain is 45dB. Based
on the noise budget, the noise of the amplifier has to be less than 180uV/?.

Linearity:

As explained in [9], a highly linear amplifier can decrease the required loop gain
and as such, the open-loop gain of the amplifier. The closed loop non-linearity can be
defined as

Open_loop IM3 2.15
(1 + loopgain)3

Closed_loop IM3 =

Since we are targeting a lower loop gain, the open loop IM3 should be large and the value

at the output of the MDAC should be at least 68dB, which is 11-bit resolution.

15



3. AMPLIFIER DESIGN

In section 2, the amplifier specifications required by the MDAC were calculated.
In this section, the specifications are listed and the design of the amplifier is discussed in
detail. Class-A and class-AB output stage based amplifiers are discussed, and various
compensation schemes to improve the bandwidth are analyzed. A new class-AB bias
scheme with feed forward compensation and source degenerated CMFB amplifier is
proposed and discussed in-detail.
3.1 Amplifier specifications

Table 1 summarizes the design specifications required for the amplifier to be used

for the MDAC

Table 1: Amplifier specifications

Parameter Value

DC Gain >45dB
Gain-bandwidth product > 850MHz

Output linear range (fully-
differential) z12v
Power minimal
Squared Input referred noise in

900MHz <1.8e-08

Load 3.5 pF

Settling time <=5ns
IM3 at 40MHz >= 68 dB

16



3.2 Amplifier topology

As can be seen from the specifications, the required amplifier is a moderate gain,
high bandwidth, highly linear amplifier with a capability to drive a huge capacitor. The
moderate gain and high bandwidth requirement can be achieved by using a multi-stage
amplifier, but as we increase the number of stages the power consumption increases. The
linearity and power consumption of the amplifier significantly depends on the output stage
linearity and the ability to drive a large capacitor. The type of compensation used to
achieve stability provides a choice between Miller compensation and feed-forward
compensation. Based on the trade-offs and the overall requirement of a low-power and
highly linear amplifier, how the topology was selected is explained in the next few sub-
sections.
3.2.1 Output stage

As explained in [9], for an amplifier with a moderate gain in the output stage, the
change in the drain to source voltages of the transistors in the output stage is significant
when compared with internal stages. Hence, the output stage contributes the most towards
non-linearity. The output stage also has to supply sufficient current to charge/discharge
the load during slewing. The two types of output stages studied were class-A and class-
AB. Based on the power consumption, class-AB with a novel biasing scheme to improve

linearity was chosen for the design.

17



Class-A output stage:
A class-A output stage is always ON for the entire signal cycle, and this is achieved
by biasing the output transistor with a fixed current source. Figure 9 shows a simple class-

A output stage and its small signal characteristics.

tiout
] 1B
1:1O% | (V2 -1)Vosar
iout < ; ‘ >
-Vpsar vin
VIN +vin * zl
Figure 9: Class-A output stage and its I-V characteristics
The output current into the load is
iout = IB — IM1 3.1

where IM1 is the transistor current. As vin increases from -co, as long as vin < -Vpsar the
transistor is cut off, and the complete bias current flows into the load capacitor. The
capacitor charges at the rate

3.2
SR rise = —
_rise

18



When vin => -Vpsat and the transistor is expected to operate in saturation the output

current is given by

iout = IB — K(Vpsar + vin)? 3.3

iout = —KVpgarvin — Kvin? 3.4
_ u,CoxW 35
2%

From the above equation for smaller values of vin, the linear term dominates and
the output current varies linearly with vin. And as vin increases the quadratic term starts
dominating as can be seen in Figure 9.

When vin is small variation around V54 + Vth the output stage is highly linear
and class-A is a popular choice for Op-amps that need to be linear [22, 23, 24], but the
slew rate is limited by the bias current (For differential operation the quadratic term
cancels out, but third order non-linearity exists). As discussed, for a 12-bit ADC the
sampling capacitor of the first MDAC is very large. To support the required slew rate if
class-A is used as the output stage the biasing current needs to be very large dissipating
excessive power.

Class-AB output stage:

Class-AB stage consists of a PMOS and NMOS biased at a quiescent current and
is theoretically capable of driving infinite current into the load. Figure 10 shows an ideal
class-AB output stage, and the output current vs input voltage characteristics. When vin =

0, iout = 0 and the quiescent current lg flows through the PMOS and NMOS.

19



J fiout
. - pIa
D iout |
VSDSAT,P
-Vbsar,n vin
VIN + vin a N |
-a1Q

Figure 10: Class-AB output stage and its I-V characteristics

For the condition when —Vpsat,n <= vin <= Vspsatp , both the transistors are in saturation
and
iout = ip — in. 3.6
Assuming Vpsat = Vspsatp and Ky = K, we get
iout = K, (Vspsar — vin)? — K, (Vpssar + vin)? 3.7
iout = —4KVpgsarvin. 3.8
For the other cases vin < -Vpsatrn, Vin > Vpsarp the NMOS and PMOS are cutoff
respectively. The other MOSFET directly drives the output, and the current depends on
the VGS of the MOSFET but not the quiescent current. The slew rate can be defined as

KP( Vspsar,p — Vin)z ) 3.9

C, ’

SRyise =

20



. N\2
KN(VDSAT,N + Uln) 3.10
Cy

SRfqu = —

Hence, for smaller variations of vin around Vpsat.n/Vpsat,p the class-AB stage is
highly linear and the biasing power requirement during quiescent condition is much
smaller than class-A stage. When there is a large capacitive load or a small resistive load
at the output, class-AB stages can provide an optimum match for power vs linearity. And
also, for a given current the small signal gain is higher for class-AB because both the
transistors provide gain.

In the above discussion we conveniently assumed that the small signal ‘vin’ is
transmitted from NMOS to PMOS without any variation, but in practical design there
could be a slight variation. In case of variations the equations would become

iout = K, (Vspsar — vinp)? — K, (Vpssar + vinn)? 3.11
iout = —2KVpsear (vinp + vinn) + K (vinp? — vinn?). 3.12
This would result in a quadratic term in the current equation and there by introducing non-
linearity at the output. Hence, to achieve a highly linear output stage the DC level
shifter/biasing circuit used for class-AB needs to
1. Transmit same small signal ‘vin’ to NMOS and PMOS which means act as a short
circuit for small signal.
2. Bias the NMOS and PMOS with a fixed quiescent current.
3. It should not impose a limit on the current that can be driven to the load.
Several class-AB schemes have been reported in the literature [25, 26, 27, 28] with

the focus on implementation of the DC level shifter to efficiently support the three
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functions mentioned earlier. Among them Monticelli bias [27] scheme is the most popular

approach and is shown in Figure 11.

IB® VBP2 + vinp,

P

L:I iout
veN 1Em2n  m2p HFvep

—l ZL
. B® VBN2 + vinn
iin

Figure 11: Class-AB output stage with Monticelli bias

Monticelli bias scheme is based on quadratic trans-linearity principle, and the
transistors M2P and M2N act as the DC level shifters. In quiescent condition the current
through each transistor is 1B/2. When the previous stage in the Op-amp generates a small
signal current iin, depending on the impedance at node vinn, the voltage vinn varies with
iin. If iin increases, vinn decreases and the gate to source voltage of M2N increases, and
the current flowing through M2N increases. Since, the small signal current circulates
between M2N and M2P, the current through M2P decreases and the voltage at vinp
decreases. Similarly when iin decreases vinn and vinp increase and the small signal

transfer function between vinn and vinp is given by
22



vinp  gmypyZout 3.13
vinn 1+ gmpyapZout

Where gmmzn and gmmezp are the trans-conductance of M2N and M2P and Zout is the small

signal impedance at the node vinp.

As can be seen from the above equation and explained in [29], the transfer function

heavily depends on the trans-conductance of M2N and M2P, and this can add to the non-

linearity in two aspects

a)

b)

Trans-conductance and impedance of the transistor is by itself non-linear and
varies with the drain-to-source voltage.

As explained in equation 3.12, if the transfer function between vinp and vinn
is not unity, the quadratic terms in the output current equation can cause non-
linearity. And for the transfer function to be unity we need a good match
between gmmon and gmmze which is not always possible in real
implementation.

In addition Monticelli scheme also suffers from hard discontinuities in the
transfer function when iin is very large and pushes either M2N or M2P into

linear region[29]

3.2.2 Proposed DC-level shifter for class-AB stage

Since the focus is to have same small signal at the gate of NMOS and PMOS of

the class-AB stage, a capacitor which acts as a short circuit at high frequencies can be

used. Consider the circuit in Figure 12, the VBIASN is generated using common mode

feedback to drive the required amount of quiescent current. Rb and Cp are the bias
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generator resistance and capacitance. The transfer function from vinp to vinn can be

written as

viin (Cb xRb) * s 3.14
viip (Cb*Rb + Cp*Rb)*s + 1

VBIASP + vinp I
1 iout vinp
= cb iou b F
vinn

VBASTH———h 7o FoF T o

Figure 12: Level-shifter circuit and small signal equivalent circuit

If Cb >> Cp, at higher frequencies the transfer function becomes close to 1, but
at lower frequencies there is a zero at origin and there will be a mismatch between vinp
and vinn as can be seen in Figure 13. To reduce the mismatch a large resistor Rb is

required.

Consider the circuit in Figure 14, a resistor is added in parallel to the Capacitor Cb
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Bode Diagram

0 : — : .

System: $1
Frequency (rad/s): 2.24e+09
10 Magnitude (dB): -0.223
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45
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Figure 13: Transfer function of capacitor-only level shifter

T vinp
VBIASP + vinp I
L = iout L =
__Cb==Rt Cb= = Rt
vinn

[VBIASN] — Ta Rb= T P

Figure 14: Level-shifter circuit with resistor and small signal equivalent circuit

Now the transfer function between vinp and vinn would be
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viin (Chb+xRb+Rt)+*s + Rb 3.15

vinp (Ch*Rb*Rt + Cp*Rb+Rt)*s + Rb + Rt

The zero at origin has been moved to a higher frequency and depending on the values of
[ Cb >> Cp and Rb >> Rt] we can get a match between vinp and vinn even at lower
frequencies as shown in Figure 15. It should be noted here that, at higher frequencies the

transfer function reaches a value depending on the ratio of capacitors Cb and Cp and the

Bode Diagram

(ap) spnuubeypy

108 10’ 108 10° 1010 101
Frequency (Hz)

Figure 15: Transfer function of capacitor + resistor level shifter

slight variation from 1 can be adjusted in the Kp and Kn of PMOS and NMOS to get a
good linearity. More importantly, since passive components are used to transmit the small
signal to the gates of the output transistors the linearity improves significantly.

The resistor Rt is further useful to bias the output transistors as shown in Figure

16. The common mode feedback tracks the output common-mode and varies the current
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through the MOSFET MB, which in turn varies the current flowing through Rt and that
causes the required drop/increase in the biasing voltage of the NMOS.
3.2.3 Frequency compensation schemes

The most commonly used compensation scheme for amplifiers is Miller’s
compensation, which results in stability at the expense of bandwidth by lowering the

dominant pole. Using Miller’s compensation would require large power in both the stages

Stagel Output

iout

|

| B
(@)
o
AM
wy
X
-+

MB CMFB

Figure 16: DC Level shifter for class-AB

of the amplifier, which we are trying to avoid. Hence for this design feed-forward

compensation [30] was selected. The technique is explained briefly using Figure 17.
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Figure 17: Feed-forward Gm compensation technique

The two gain stages with trans-conductance GM1 and GM2 are the two gain
stages of the amplifier and GM3 is the feed forward stage which provides a fast path and
adds a zero to the transfer function, which can be used to compensate for a pole. If Al =
GM1*R1, A2 = GM2*R2, A3 = GM3*R2, wpl = 1/(R1*C1) and wp2 = 1/(R2*C2), the

transfer function can be written as

Al x A2 + A3 3.16
S S S
(1 + Wpl) * (1 + pr) I+ wp?2
Which can be resolved to
3.17
1+ >
A1A2 + A3
wpl * — a3
(A1 % A2 + A3) *

(1+Wipl)*(1+wipz)
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A1A2+A3

The frequency of zero thus generated is wp1 * , and it should be noted

that the zero will always be greater than wpl. This condition on the zero generated results
in
e To cancel/reduce the effect of one of the poles, the output pole has to be farther
away from origin than the first stage pole. Which means wpl < wz <= wp2.

But in our case since the sampling capacitors are huge and the gain requirement is
high, we will most likely have the second pole as the dominating pole. Hence, the feed-
forward technique mentioned above cannot be directly used.

3.2.4 Modified feed-forward compensation
In order to compensate the effect of a pole, let us first try to understand what

happens around and after the pole frequency. Consider the simple circuit in Figure 18

vout

gm*vin C

vy

e ) -
= R=

|||_

Figure 18: Small signal model of a simple amplifier

At DC all the small signal current flows through the resistor and the gain is —-gm*R.
As the pole approaches, the impedance of the capacitor starts decreasing and only a part

of the current flows through the resistor [Net impedance decreases]. Hence, the gain of the
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amplifier decreases. If there exists a path which supplies current in parallel to gm*vin at
high frequencies (around and after the pole frequency), then it can reduce or even cancel

the effect of the pole.

vout

(@]
1
4]
P
A
vy

Ix gm*vin

" p—

Figure 19: Small signal model of a simple amplifier for pole cancellation

'B% vout

VB + vin o_||£ M1

vy

Cc = R gm*vin

I

Figure 20: Ix implementation, the small signal model of amplifier is still considered

For the pole to be cancelled, vout = -gm*R*vin at all frequencies and will only

happen when
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Ix = gmx*Rx*vinxsxC 3.18

This can be achieved using the circuit in Figure 20, but the circuit results in a high
frequency pole given by gm1/(Cc).

If Rcis very large then

Ix =vin*s*Cc 3.19
and this can be used to reduce/cancel the effect of the pole.
3.2.5 Proposed amplifier architecture

Combining the DC level shifter circuit described in section 3.2.2 and the feed-
forward compensation in section 3.2.3, the architecture in Figure 21 was used to design
the amplifier with high linearity and a high bandwidth.

The small signal model of the first stage differential half circuit including the feed
forward compensation and assuming that Cb forms a short between node X and node Y
[Cb is large] is given in Figure 22
The poles and zeros of this system are

Frequency of Zero =

R1*Rax* gml + R1*Rds3 * gml + R1xRds3 xgm3 + R1xRa* Rds3* gml* gm3
Ca xRl *Ra x Rds3 x gml + Ca xR1* Ra x Rds3 x gm3

- gmlx gm3
" Cax(gml+ gm3)

3.20

Frequency of First Pole =

R1 + Ra + Rds3 + Ra * Rds3 x gm3
Cl1*R1*Ra + C1*R1+Rds3 + Ca*R1+*Ra + Cax*Rax*Rds3 + C1*R1%*Ra*Rds3x*gm3
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VO+
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VCM

M2N
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3.22

VO-
= CL
VeM

Figure 21: Two stage amplifier with DC level shifter and feed forward compensation
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Cl1=Cx+Cy R1=Rx||Ry vout

gm1l*vin - = Rds3
va

A
wy
(eAa-uin)  sws
H—
AA
w

A
wy
e
Q
|
1

- Ca=2*Cc

Figure 22: Small signal model of stage 1

Hence in-order to cancel the first stage pole and assuming gm3 > gm1 we get

gml 1 3.23
Ca R1xC1

Ca 3.24

i gml*R1.

But, since the first stage pole is the non-dominant pole and we do not have to cancel it
exactly to get the required phase margin, the ratio of Ca to C1 can be less than the gain of
the first stage. With the feed-forward compensation the two stage amplifier parameters
can be defined as

DCgain = gml * R1* (gmp2 + gmn2) * Rout 3.25

3.26
Frequency of Dominant pole P1 =

Rout * Cl
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3.27

Frequency of Pole P2 =

R1xC1
Frequency of Zero = gm1l/Ca 3.28
Frequency of Pole P3 = gm3/Ca 3.29

In addition there will be a pole zero pair due to Cb and Rt.
Common-mode half circuit analysis for common mode feedback loop:
In this section we will look at the effect of the addition of Cb and Rt on the common

mode feedback loop. Assuming the inputs are grounded, the small signal model is shown

in Figure 23
gm5*vcmfb vy gm2p*vy vout
Cy—= Ry= CbT =Rt Cl== Rout=
| wx
L Rx=1/= T Cx =
gmé J_

Figure 23: Small signal model of part of common mode feedback loop
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Since the value of Rx << Rt and Cx << Cb, the voltage vx will be very small
compared to vy and hence, the effect of it on the output common mode level through M2N

is neglected. The poles and zeros of this system are

F 7 _ Rt + Rx ~ 3.30
requency of Zero = Cb Rt *Rx + Cx*Rt*Rx
1
Cb x Rx
3.31
F =
requency of Output pole I+ Rout
Frequency of First stage polel = 3.32
1 ~ 1
Cb*Rt*(Rx+Ry) ~ Cb xRt
Rt + Rx + Ry
1 3.33

Frequency of First stage pole2 = Rx = (Cx + Cy)

Since, the output pole and First stage pole 1 are low frequency poles they have to
be compensated to get a proper phase margin. First stage pole 2 will generally be a high
frequency pole since Rx is small. To compensate for the two dominant poles, the CMFB
amplifier (Figure 24) was designed to have source degeneration to add a zero to the path
to cancel one of the dominant poles. The additional pole generated due to degeneration

was cancelled using the zero generated due to Cb and Rt.
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Figure 24: CMFB amplifier

The poles and zeros of the amplifier were placed as given below

Frequency of First stage pole 1 3.34

1
- Rcemfb x 2 x Ccemfb

gmx 3.35

F Z & —
requency of Zero 2% Coomfb

The second pole of the CMFB is a high frequency pole because of the diode connected

load. The complete circuit is shown in Figure 25
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Figure 25: Two stage amplifier with class-AB output stage
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3.2.6 Amplifier design procedure

The following steps provide an overview of the design procedure of the amplifier

1)

2)

3)

4)

5)

Based on the load capacitance ‘CL’ and the slew time requirement determine the
slew current. Since we are using a class-AB stage the quiescent current can be 1/4"
- 1/3" of the slew current.

Based on the settling time requirement and the feedback factor, calculate the UGB
required for the amplifier. In ideal case, when the non-dominate pole is perfectly

cancelled by the feed-forward zero, the UGB of the amplifier will be

_ gm31*R1 x (gm41 + gm40) 3.36
B 2 xpi*CL

UGB
But since we may not have to exactly cancel the first stage pole, use a higher UGB
value than required.
Based on the DC gain value, assuming a required gain for stage 1, and using the
quiescent current and UGB calculate the required gm41/1g and gm40/Iq and based
on the gm/Id plots get the required (W/L), set the PMOS (W/L) slightly smaller to
compensate for the mismatch in ‘vx’ and ‘vy’
For the first stage, the value of input transistor ‘gm’ has to be determined from
noise specification, using approximate value of the gain and the parasitic
capacitance of stage 2 estimate the location of first stage pole.
Using Matlab determine the position of the zero required to get a proper phase

margin. Based on the position of zero and input transistor gm, determine the value

of CC in the feed forward transistor
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6)

7)

8)

9)

The location of the second pole “gm38/(2*¥*CC)” generated by the feed forward
path has to beyond the UGB, based on the condition determine gm38 and using a
high overdrive and gm/ld determine the current in the feed forward branch to
achieve ‘gm38’.

To determine the value of Rt calculate the maximum drop ‘VD’ required in the DC
bias voltages across PVT and based on the below equation determine the value of

Rt.

VD = Rt % (10% of First stage Itail) 3.37
2

Cb should be such that 1/(Rt*Cb) has to be smaller than the input signal frequency.

For the CMFB amplifier, based on Cb and Rt values and a nominal value of gm/Id

determine the value of Cccmfb and adjust it depending on the requirement.

Based on the above method the dimensions of the transistors, capacitors and current

values are provided in Table 2

Table 2: Amplifier dimensions

Transistor W/L Overdrive (V) Current (A)
T30 1.0944m/240n 80m 700u
T31,T32 91.2u/240n 200m 350u
T34, T35 11.04u/240n 200m 350u
T1,T41 49.2u/240n 200m 460u
T0, T40 13.44u/240n 200m 460u
T8, T7 165.12u/240n 200m 900u
T38, T43 192u/130n 60m 900u
T37, T42 312u/240n 80m 900u
T4 624u/240n 80m 1.8m
T40, T47 38.88u/240n 200m 201u
T48, T49 52.8u/240n 80m 210u
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Table 2: Continued

Transistor W/L Overdrive (V) Current (A)
T2, T3 5.76u/240n 80m 210u
T50 105.6u/240n 80m 420u
Amp Tail Current

First Stage 700u

Second Stage, each branch 460u

Feed-forward 1.8m

CMFB 420u

Cb 2pF

Cc 1pF

Ccmfb 1pF
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4. SWITCH DESIGN

Consider the 1.5 bit MDAC shown in Figure 26, the switches S1, S1° connect the
input to the capacitors CH and CS during sampling and switches S3, S3” connect to the
output during hold. Hence, the output of the MDAC heavily depends on how the switches

transmit a signal from one node to the other, which in-turn means the switch linearity.

S3
N\

VDecoder
52 5
CH
al;
"—i S1 |
VIN- | X ?? + VO+
/
g + = Vo
w5
VIN+ T <
CH o 2

VDecoder s3'

Figure 26: Structure of a 1.5 bit MDAC

The linearity requirement of the switch for the first MDAC in a pipeline ADC is
determined by the overall resolution of the ADC. For a 12-bit ADC it is desirable that the

linearity of the sampling switches is at least 13 bits, this would make noise of the circuits

the dominant contributor for ENOB analysis.
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A simple transistor can act as a switch with its gate voltage controlling the turning
on and off of the switch. The resistance of a single MOSFET, assuming it’s operating in

linear region is given by

1 4.1
w
unCox (T) Ves = Vru)

Ron =

As can be seen from the equation the on resistance is inversely proportional to the
Vs and if source is connected to the input and a capacitor to the output, as shown in
Figure 27, the on-resistance change with the level of the input and the linearity is
drastically affected. In order to keep the resistance constant for all inputs, the Vs of the

switch is

+

£ v ¥
o1 Vclut ¥ unt

Vin 1 Vin 1
I

Figure 27: a. MOSFET switch b. MOSFET switch with boot-strapping

forced to be constant this is generally done by connecting a constant voltage source across
the gate and source of the MOSFET as shown in the figure, this technique is called boot-
strapping and one such implementation is provided in Figure 28 [31]. Using boot-

strapping technique linearity of up to 15 bits has been reported. During ¢ phase the
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capacitor Cofrset IS charged to VDD which will be the Vs voltage of the switch MNSW.
During ¢1 as transistor MN1 closes, the voltage at B becomes VDD (some charge shared)
+ Vin and hence, the gate source voltage of MNSW remains constant at VDD. The

dimensions of the transistors we calculated based on the below table 3

cp1n_|—|_|_|_
VDD
wpa P T
®2n 4 MN3 @2piE MP7 L—:II—
Coffset
—— i1 € B
; @1ln
: L
; MNG6S ¥ T |:_-|
: <
MNS MN1 MNG‘]T[' E—| MP2 V‘E_rD cp_gn 3
N G MINT5 MN5.
/int |[s T
P MNSW ! D

Figure 28: Boot-strapping switch [31]

Where Cs = Sampling Capacitance (2.3pF), Coffset = 2pF, Cp = (Coffset in series with

Ca), Ce = Net parasitic capacitance at Node G, Cg. is the total parasitic capacitance at the

gate of MP2 and Ts is the sampling time
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Table 3: Switch design parameters

Transistor | Load Time Initial Final Slewing | Dimensi
Capacit voltage voltages onis
ance VG, VS, VG, VS, VD based
VD on
MNSW Cs Ts/5 0,0.6,0.6 (2.1,0.9,0.9)/ No Linear
(1.5,0.3,0.3) Ron
Comments: Time = (Ts/2.5)/2, there will be another switch in series with the capacitor
MN1/MN8 Cop 0.1* 0,0.6,0 (2.1,0.9,0.9)/ No Linear
Ts/5 (1.5,0.3,0.3) Ron
The settling accuracy can be 1%
MP2 Cp 0.1* 1.2,1.2,0 (0.9,2.1,2.1)/ Yes Slewing
Ts/5 (0.3,1.5,1.5) Current
The drain has to slew from 0 to 0.9 + [Vthp|
MN3 Cofset | Ts/2.5 | (0,0,0.3)/(0, 1.2,0,0 No Linear
0,0.9) Ron
The settling accuracy can be 1%
MP4 Cofset | TS/2.5 | (1.5,1.2,1.5) 012,12 No Linear
/(2.1,1.2,2.1 Ron
The settling accuracy can be 1%
MN5/MNT Ceo 0.1* (0,0,2.2)/ 1.2,0,0 Yes Slewing
5 Ts/5 (0,0,1.5) Current
The drain has to slew from 2.1to 1.2 - Vthn
MN6/MNS Cq 0.1* (0,0,1.2) (1.2/2.1,0.9,0 Yes Slewing
6 Ts/5 .9)/(1.2/1.5,0. Current
3,0.3)
The drain has to slew from 1.2 to 1.2 - Vthn
MP7 Cq Ts/2.5 | (1.2,1.2,0.3) 012,12 No Linear
/(1.2,1.2,0.9 Ron

Using the above table the dimensions of the transistors were calculated as (Table 4)

Table 4: Switch dimensions

Transistor WI/L
MNSW 10.24u/130n
MN1/MN8 3.2/240n
MP2 6.72u/240n
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Table 4: Continued

Transistor WI/L
MN3 15.36u/240n
MP4 7.2u/240n

MN5/MNT5 4.8u/240n

MN6/MN6S 2.4u/240n
MP7 4.8u/240n
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5. SIMULATION AND RESULTS

This section presents the simulation details and schematic level simulation results of
the amplifier and the switch. The amplifier was characterized for its open loop and closed
loop properties and the switch was characterized for its settling time and linearity.

5.1 Amplifier simulation and results
The below table summarizes the results achieved by the amplifier explained in

Figure 28.

Table 5: Amplifier results

This work [TT]
Technology IBM 0.13um
VDD 1.2
ADC Resolution 12 bit
Sampling Frequency 100MHz
Vpp 1.2
Load 3.5pF
Amplifier type Two stage
DC_gain 47dB
GBW 1040MHz
Current 3.88mA
Settling time [11-bit] 3.881ns
IM3 75dB
-6dBFS @(4.30MHz and 5.08MHz)
68.46dB
-3.5dBFS@(4.30MHz and 5.08MHz)
Noise 62uV up to 50MHz
FOM1[MHz*pF/mA] 938
FOM2[(V/us)*(pF)/mA] 881
FOM3[(V/us)/mA] [Slewrate/Current] 251
FOM3[ns/mA] 1.01
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Figure 29 shows the test-bench used to perform open loop simulations, the

capacitor on the output node is the net capacitance (3.5pF) that node would see in a closed

loop scenario.

VCM
3.5pF=
Vin- ﬁ_\ T Vout+
SIS
Vine |~ J_ Vout-
3.5pF-|—
VCM
200 - CEBEEGIEERR S
46.88069dB fi i i i
(dB) 0.0 4 F\4122103937‘SGHZ B i CR 01 A
-20.01
-40.04 - PR W Lok . et b i Fe e b ;
e €0.0° . - : : : : : . (100
- 0.0
=
&
- 2. t100
o
D 200
e
““““ e diii i - . -1 [-300
=== FrequencyH2
100 10! 102 102 104 105 108 107 108 109 1010 1011

Figure 29: a. Open loop test-bench b. AC gain and phase

The AC analysis results in UGB of 1040MHz, DC gain of 47dB and a phase

margin of 46.7 degrees as can be seen in Figure 29. The locations of poles and zeros are

given in the Table 6.
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Table 6: Poles and zeros of the amplifier

Pole/Zero Value Description
1 Pole 1 12.1MHz Output pole
2 Pole — Zero Pair 18.3MHz — 19.16 MHz Due to Ch, Rt
3 Pole 2 165 MHz First Stage Pole
4 Zero 1 378 MHz From feed-forward path
5 Pole 3 1.94 GHz From feed-forward path

As can be seen from Figure 29 and Table 6, the feed forward zero compensates for
the first stage pole but since the cancellation is not exact, the output pole which determines
the UGB had to be pushed forward. Also the addition of Cb, Rt and the feed-forward
circuit introduces a pole zero pair.

Similarly for the common mode feedback loop, the gain is around 38dB,
bandwidth 402MHz with a phase margin of 47.4 degrees. The location of poles and zeros

is given in Table 7.

B SRES  402.445)1Hz
Vg 0008

B 1v1: 18.5224Hz B
ERNEE 22 1763dB et

@
<

e §Ef§C€Uéﬂ¢Yff(H'23 S
100 10! 102 108 104 10° 106 10/

Figure 30: CMFB loop gain
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Table 7: Poles and zeros of the CMFB loop

Pole/Zero Value Description
1 Pole 1 11.6MHz Output pole
2 Pole 2 23 MHz Due to Ch, Rt
3 Zero 1l 126 MHz Zero from Cb and Rx
4 Zero 2 130 MHz CMFB Amp zero
5 Pole 3 384 MHz CMFB Amp pole 1
6 Pole 4 531 MHz CMFB Amp Pole 2

The biasing circuit used in the first stage load introduces a pole zero pair, this can
be eliminated by connecting a capacitor (~= Cgs T34) parallel to the resistors but this will
decrease the location of the first pole. From the table it can be seen that Pole 2 and Pole 3
are compensated by Zero 1 and Zero 2 and the non-dominant pole is after the UGB.

Figure 31 shows the test-bench used to perform close loop simulations to estimate
the settling behavior and linearity of the amplifier. Since the amplifier will be used in a
discrete circuit, the test bench uses switches with resistance of 80 Ohms and non-
overlapping clocks for sample and hold phases with a rise and fall time of about 125ps.
During the sampling phase, the input is sampled on to the input capacitors and the
amplifier is connected in unit gain feedback, the load and the feedback capacitors are
connected to common mode. During the hold phase, the feedback capacitor is connected
across the amplifier and the load is connected at the output and one end of the input

capacitor is connected to common mode, this is similar to the operation of the MDAC.
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Figure 32: Settling time
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L1%7 _ 580uv

and that is 0.097% settling error. The 11 bit settling time is 3.815ns which should be
sufficient for non-overlapping clocks at 100MHz.

To measure the linearity of the amplifier, single tone tests at full scale amplitude,
frequency of 39.45MHz and 93.36MHz and a sampling frequency of 100MHz and two
tone tests at -6dBFS and -3.5dBFS (each) and frequencies 4.3MHz and 5.08MHz were
performed. For each of the tests, 256 samples were considered for DFT and each sample
was taken after 4.5ns in the hold phase. As can be seen in the Figures 33, 34 the HD3 of
the single tone is about 72.66dB and since the IM3 non-linearity is not clearly visible at
an amplitude of -6dBFS, the amplitude was increased to -3.5dBFS (each tone) and it can

be seen in Figure 36, that the IM3 is 68.73dB.
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Figure 33: HD3 at 39.45MHz
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The amplitudes of the tone were varied and the IM3 was plotted vs amplitude and

can be seen in Figure 37. Differential full scale is 1.2 V and the peak amplitude of each
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tone is 4*x. [The amplitude is higher than full scale so that the effect of IM3 can be

properly seen]
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Figure 36: IM3 at -3.5dBFS (each tone)
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Figure 37: IM3 vs amplitude
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The linearity of the amplifier was also characterized using continuous time test

bench shown in Figure 38, the resistors at the input were large and provided DC biasing.

W
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=|: :F
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Figure 38: Continuous time test bench

From the plots the 1IP3 value is 38.3dBm and the -1-dB compression is also at
11.36631dBm which is greater than the required value of 0dBm (1.2V peak-peak). As
discussed in chapter 2, the linearity of the amplifier significantly depends on the linearity
of the output stage. The linearity of the class-AB output stage depends on the overdrive of
the transistors and the AC signal supplied to them. Since we are using feed-forward

compensation and not Miller’s compensation, the current and the trans-conductance
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requirement in the output stage is low and this enables us to have a large overdrive for the

output transistors. Also the DC-level shifter explained in section 3.2.2 provides a proper

AC signal at the gates of NMOS and PMOS of the output stage using passive components

which are more linear than the active level shifter used in the Monticelli scheme. For the

current design the value of the signal can be seen in Figure 41.
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Figure 39: Closed-loop 11P3
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Figure 40: 1-dB compression
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From Figure 41 it can be seen that the AC signal at the gates of output stage does
not exactly match at low frequencies but at high frequencies it matches perfectly. Ideally
the frequency where it starts to match should be less than the input signal frequency. Even
though the value of the resistor “Rt” was selected based on this condition, the plots are not

as expected. This can be explained based on Figure 42.

L 1]
LX)

= -2.2996305 bR L
40MHz. ¢

108 109 1010 1011

102 10? 10 “lé-requehogv (Hz)1°7

Figure 41: AC signals at the gates of the output stage

As calculated in section 3.2.2 the transfer function from vinp to vinn is given by

viin 5.1

vinp

(Cb«Rb*Rt)*s + Rb
(Cb*Rb*Rt + Cp*Rb*Rt)*s + Rb + Rt
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Figure 42: DC level shifter

Based on the transfer function, the pole is given by — (Cb+Cp)*tRb||Rt) and the zero

by— CbiRt. If the value of Rb is not much greater than Rt, the location of the pole is pushed

farther away from the zero, which is what is the case in this design. Since the current in
the feedforward amplifier is very high, the net resistance at its output is small, which
resulted in a pole farther away than expected. This can be eliminated by using cascaded
load in the feed-forward stage as shown in Figure 43. Since the linearity requirement of

the MDAC was satisfied, this circuit was not modified.
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The noise simulation results are provided in Figure 44 and Table 8.
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Figure 44: Squared input noise
Table 8: Device noise
levice Faram MHoi=ze Contribut ion = 0OF Total
SIE0 S T34 i 0L 005405165 25,96
SIRDST3S i 0L, 00540515 25,96
IR0 S T2 i 0, O0ER2E5EE 11,89
AIE0ATET fr 0, O0EE2E5S 11,69
SIED S T2 id 0,025 35513 5,70
SIRDSTSY idd 0002535513 5,70
SIBOSTE idd 0L o01599352 2,27
SIEDSTE id 0L, O01599352 2,27
AIEDSTIL id 000124907 1,38
AIE0ATE2 id 0, 00124907 1,38

Integrated MHoi=ze Summary (in %) Sorted By Moize Contributors
Total Summarized MHoize = 0,0105143

Total Input Referrved Hoize = 6.,.26803=-05

The abowe rnoize summary info iz for noi=ze data
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As can be seen, the major contributors of noise are the load transistors of stage 1.
This is because the trans-conductance (overdrive) of these devices depends on the output
stage NMOS. For good swing the overdrive of output stage NMOS cannot be increased,
and so, the trans-conductance of the load devices tends to be large. PMOS input transistors
were used to decrease the flicker noise and as per the noise introduced by the feed-forward
stage. Since the input transistors are cascaded, they contribute almost no noise and the key
contributors are the load PMOS and the source degenerating NMOS. The trans-
conductance of these devices were reduced to decrease the noise. The measured noise is
integrated up to the bandwidth of the amplifier because all the noise beyond sampling
frequency will be folded back. The net noise of the amplifier is 14.6nV2 which is less than
the required specification of the MDAC.

Also, it was mentioned in section 2.1.1 that most of the noise budget was dedicated
for the Op-amp as it directly affects the power consumption. This is because, to have a
lower noise the trans-conductance of input transistors has to be large and based on
equation 3.28, to have a zero closer to the pole the capacitance of Ca has to be increased
and this in turn would require a higher trans-conductance in the feed forward input
amplifier to push the non-dominant pole beyond UGB. Hence, maximum noise budget
was allotted to the amplifier to decrease the input trans conductance and power.

The amplifier was characterized for five corners and Table 9 shows the simulation

results
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Table 9: Corner simulations

Corner TT FF SS FS SF | Change
UGB(MHz) 1040 | 1190 | 910 990 1067 27%
Settling time(ns) 3.881 | 2.929 | 4.803 3.417 3.125 48%

(11-bit)
Slewrate (\V/us) 977 1080 | 807 960 970 28%
HD3 77.84 | 71.45 | 69.31 | 74.39(1.3Vpp) | 74.39 11%
1.2Vpp@(39.453Mhz)
Sampling — 100Mhz
Noise(uV) 62 56 61 71 55 26%
Current (mA) 3.83 | 403 | 3.64 3.77 3.84 | 10.2%

As can be seen, the Slow-Slow corner has the highest settling time which can be
attributed to the decrease in slew rate and the gain bandwidth. The settling time and
linearity requirement are satisfied at all corners.

5.2 Switch simulation and results

The linearity and settling time of the switch designed in section 3 was measured
using the test-bench in Figure 45. C11 and C46 are the sampling capacitors (2.3pF) and
they are connected to the common mode level through a simple MOSFET switch, similar

to the sampling phase of the MDAC. The ¢1n clock of boot-strap is controlled by S1 and

S1 Ve2n
s @ln @2n
Vin IN out———
SWITCH 2.3pF F—S2
VCM
SWITCH 2.3pF F—S2
A—|_ IN out——
Vin+
®ln @2n
S1 V2n

Figure 45: Switch test bench
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the S2 is early clocked to prevent charge injection from the switch onto the sampling
capacitor. To measure the linearity, the voltage across the two capacitors was taken and
subtracted to get the net differential voltage sampled and 256 samples were taken after the

output settled after S1 fell and 256 point DFT was performed.

I~

taprapnyubenw

750 4

* dx:-23.44MHz dy:-80.58dB

Il

Figure 46: Switch spectrum
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Figure 46 shows the spectrum of the switch, and the linearity is above 13 bits as
required by the MDAC specification. Another parameter to be observed is the magnitude
of the fundamental, it has slightly dropped from the ideal value and this can also be seen
in the tracking and settling behavior in Figure 47 and Figure 48 respectively. In Figure 47,
immediately after S1 goes to zero the voltage across the capacitor drops slightly, this is
due to charge sharing across parasitic capacitors. A similar phenomenon occurs when a
pulse is applied at the input. Since this drop in the charge across the capacitors is not

impacting the frequency response, it has to be varying linearly with the input magnitude.
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This was verified by varying the input step size and checking the final settled value and

the response can be seen in Figure 49: it varies linearly with the input step magnitude.

This can be easily corrected either by digital post processing or calibration.
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Figure 47: Switch transient behavior
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Figure 48: Switch pulse input
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Figure 49: Drop in the voltage across capacitor vs input magnitude (single ended)

5.3 Summary of results and comparisons

In this section the amplifier specifications are compared in-detail with the
amplifier used in [32] for the design of a 1.5 bit MDAC for a 14 bit ADC working at a
sampling rate of 100MHz, and the advantages and disadvantages of the proposed
architecture are highlighted. The amplifier is further compared with other architectures
mentioned in literature.

The amplifier used in [32] is a single stage telescopic amplifier with gain boosting.

Table 10 provides the specification comparison
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Table 10: Comparison 1

This work [TT] [32]
Technology IBM 0.13um TSMC 0.13um
VDD 1.2 2
ADC Resolution 12 bit 14 bit
Sampling Frequency 100MHz 100Mhz
Vpp 1.2 2
Load 3.5pF 3pF
Amplifier type Two stage Single stage
DC_gain 47dB 80dB
GBW 1040MHz 1100MHz
Current 3.88mA 8.4m
Settling time [11-bit] 3.881 Required [ > 13-bitin <
5ns]
IM3 75dB 68dB
-6dBFS @(4.3MHz and -6.48dBFS @(4.75MHz
5.08 MHz) and 5.25MHz)
68.460B
-3.5dBFS@(4.3MHz and
5.08 MHz)
Noise 62uV up to S0MHz 18uV up to 50MHz
FOM1[MHz*pF/mA] 938 392
FOM2[(V/us)*(pF)/mA] 881 654
FOM3[(V/us)/mA] 251 218
FOM3[ns/mA] 1.01

Since gain boosting with telescopic architecture was used, the DC gain of the amplifier in
[32] is very high, but as VDD decreases using telescopic architecture is generally not
optimal and when calibration techniques are used for the ADC a very high gain is not a
necessary requirement. The current consumption in [32] is much higher because higher
the load capacitance higher is the current required to maintain slew rate. Whereas, a class-

AB output stage slew current is independent of the quiescent biasing current and as can

be seen in Figure 50, the slew current increases up to 6 times the quiescent current.

65




Also, the UGB specification is [32] is defined by % which is again dependent on

the load and would require higher trans-conductance and thereby higher current

consumption. Whereas, in the proposed architecture if the pole-zero cancellation is exact,

the UGB can be given as Al *gc_an, where Al is the stage 1 gain. And hence the gm

requirement of the second stage is reduced. From the table it can be seen the linearity of
the current architecture is better and this can be attributed to the higher overdrive voltages
of the output stage transistors (lower gm) and the capacitive short circuit path at high

frequencies for the class-AB output NMOS and PMOS transistors.

L S T T H H a8
o ; ; ; ; ; ;

M&: 200.18977ns

M7: 200.29429ns
-1.7709037mA

199.6 200.2 200.8

Time (nS) 201.4 202.0 20

Figure 50: Slew current for class-AB output stage

As discussed in the previous sections, noise specification of the amplifier in the
current architecture has a significant impact on the power consumption. To lower the noise

the trans-conductance of the input pair has to be increased, which in-turn will increase the
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capacitor required to compensate the pole. And this will result in an increase in the feed
forward path current. Since the ADC is 12 bit, the current design satisfies the noise
requirement.

The amplifiers are compared using the following Figure of Merits

GBW (in MHz) * Cload(in pF) 5.2
FOM1 = -
Itotal(in mA)
FOM2 — Slew_rate(in V/u.s) * Cload(in pF) 5.3
Itotal(in mA)
Slew_rate(in %) 5.4
FOM3 =
Itotal(in mA)
Settling_time(in ns) 55
FOM4 =
0 Itotal(in mA)

As can be seen from the table the current architecture provides a better figure of merit in
terms of FOM1, FOM2 and FOM3. The amplifier is further compared (Table 11) with the
sample and hold amplifier used in [33], 10-bit 160MHz pipeline ADC. The amplifier
architecture used is Recycling Folded Cascode with gain boosting. Since the feedback
factors of the MDAC and the sample and hold amplifier are different only FOM1 can be
used for comparison and the current architecture has a better FOM1.

Finally the amplifier is compared with amplifiers form the literature and Table 12
shows the comparison. The amplifier in [34] uses a telescopic cascade architecture with
gain boosting and has similar disadvantages to the one in [32] as discussed above. The

amplifier in [35] uses a two stage architecture with a telescopic cascade stage 1 and a
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Table 11: Comparison 2

This work [TT] [33] [Sample and
hold]
Technology IBM 0.13um SMIC 0.18um
VDD 1.2 1.2
ADC Resolution 12 bit 10 bit
Sampling Frequency 100MHz 160MHz
Vpp 1.2 1
Load 3.5pF 1.4pF
Amplifier type Two stage Single stage
DC_gain 47dB 90dB
GBW 1040MHz 935MHz
Current 3.88mA 2.6m
HD3 1.2Vpp @ 39.45MHz 1Vpp @ 90MHz
(100Mhz sampling rate) = (200MHz sampling
73.45dB rate) = 57.32dB
Noise 62uV upto 50MHz
FOM1[MHz*pF/mA] 938 503

class A stage with cascade compensation. The cascade compensation can provide a
better bandwidth than a simple Miller compensation but it still lowers the dominant pole
and stability is attained sacrificing the bandwidth. The amplifier in [36] uses two stage
architecture with feed forward compensation thereby overcoming the shortcoming of
Miller’s compensation but uses a Class A output stage, which even though provides a
good linearity results in a large DC current. The amplifier in [37] is a simple two stage
miller compensated amplifier and as can be seen from the table even though it is very
fast and has a moderate linearity the current consumption is extremely high owing to

large load capacitance. Finally the amplifier in [38] uses class-AB (class A biased
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Table 12: Comparison 3

This [34] [35] [36] [18] [39]
Technolog | 0.13um 0.35um 0.25um 40nm 90-nm 90-nm
VDD 1.2 3.3 2.5 1.1
Current 3.88m 4.8m Im 12m 160m 34m
Vp-p 1.2 1.4
Load [pF] 3.5 1.4 0.4 2 6 3
DC Gain 47 85.4 88.4 44 28 74
GBW 1040 570 320 3000 2860 1000
[MHz]
Phase 47 85.6 62.6 69.4
Margin
Settling [11-bit] | [0.012%)] [0.1%)] [13-bit]
(ns) 3.881 8.6 11.3 1
HD3 1.2Vpp 1.4Vpp@ | @100Mh | 1.5Vpp(1
@ 25MHz z (200 60 Mhz
39.45MH (200 Mhz Mhz sampling
z sampling | sampling rate)-
(100Mhz rate) = rate) 750B
sampling 64dB 57dB
rate) =
73.45dB
FOM1[M 938 166.25 200.16 500 107.25 88
Hz*pF/m
FOM2[(V/ 881 242.6 128
us)*(pk)/

invertor) output stage using a switched capacitor level shifter and Miller’s compensation.
Over-all if the FOM are compared the current architecture because of class-AB output
stage and the modified feed forward compensation provides a power efficient architecture
for high linearity and moderate gain amplifiers generally required by calibrated pipelined

ADC.
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6. CONCLUSION

In this thesis, a class-AB amplifier using a novel DC-level shifter and a feed-forward
compensation architecture has been proposed for the design of a 1.5 bit MDAC of a 12-
bit pipeline ADC. The need for a moderate gain, high speed and high linearity
requirements for an ADC was discussed and the design specifications were calculated
from the performance requirements of the MDAC in a top-down fashion. An improved
DC-level shifting scheme for class-AB amplifiers has been proposed and compared with
existing schemes in terms of linearity improvement. A feed-forward compensation
technique that can be used in parallel with the level shifter has been proposed and the
amplifier design based on the new architecture showed a good linearity at low power
consumption. A boot-strap switch design procedure was also explained and the linearity
and settling time of the switch were tested. The implementation has been carried out in

IBM 130nm.
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